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with the increase in frequency creates current crowding. Therefore, in order to fully 

utilize the wire, the skin depth	(²) needs to be calculated. 

² = |.|³³�
�2 	[S]   [1]   (4.5) 

Where (²) is defined as the distance below the surface, and the current density has fallen 

to 37 percent of its value at the surface [10]. Therefore, using equation 4.5, the skin depth 

for our maximum operating frequency,� = 60��� would be: 

² = 0.0662
√60��� = 2.7¶i	[S] 

Therefore, a radius of equals to	² = 2.7¶iS would approximate the wire size of 30 

AWG. Based on industry recommendation and additional consideration for design 

margin, 38 AWG size of wire was selected. Next step would be to determine the number 

of strands of 38 AWG wire needed to have in order to carry the full current without an 

excessive copper loss. With the intention of keeping the copper loss to no more than 3x 

of the core loss, or <100w of loss, a 4 AWG equivalent litz wire is assembled using 

approximately 2,625 number of strands. From the manufacturing datasheet, a 4 AWG 

equivalent litz using 38 AWG strands of wire have dc resistance of	; = 0.928Ω/1000m. 

The approximate required length of wire needed on the primary side of the transformer, 

based on the number of turn and core used is ~4.9m. 

Therefore, the copper loss on the wire is: 

°s = �0.928Ω1000m� 4.9m ∗ (150�) = 102	º 
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However, for ease of manufacturing the transformer and a tighter control over the leakage 

inductance, two 8 AWG litz wire in parallel have been selected to replace the 4 AWG litz 

wire of the primary side of the transformer. With almost double the number of turns on 

the secondary, use of one 8 AWG litz wire could result in a similar performance as the 

primary side.    

4.2 Transformer Simulation Analysis  

Following the different design iterations, and calculations of section 4.1.1, the 

final specification of the high frequency transformer has been developed.   

TABLE 4-2: HF TRANSFORMER SPECIFICATION 

Item Rating Unit 

Primary Turns 14 Turns 

Secondary Turns 26 Turns 

Primary winding 2x8 AWG 

Secondary winding 1x8 AWG 

Gap 2 Mm 

Leakage Inductance  7 uH 

Magnetizing Inductance 200-300 uH 

 

Using the specifications in Table 4-2, a model of the high frequency transformer 

was developed using Ansoft® software tool.  A 2mm spacer material was also been 

added to develop the expected leakage inductance result.   
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Figure 4-4: Ansoft high frequency transformer model using “UU” shape ferrites. 

Simulation of the model was also done using PExpert® software, in order to compare the 

result with the expected value. Figure 4-5, shows a simulation of the magnetic flux 

density, which showed	¡q=g = 0.1371	¢. Similar result was found during calculation of 

	¡q=g	using equation 4.3 above.  

           

Figure 4-5: Magnetic field density model in high frequency transformer. 



42 

  

CHAPTER V 

5. CONTROL ARCHITECTURE   

One of the main requirements that initiated this research is the need for a regulated output 

voltage. Therefore, regardless of the topology or operating mode chosen, the high frequency 

power distribution unit needs to guarantee a regulated output voltage.  This includes maintaining 

a specification of 700VDC +/-5% across the full output load range including 100 kW step load. 

TABLE 5-1: HIGH FREQUENCY PDU SPECIFICATION 

Item Rating Unit 

Input Voltage 600 +/-30% VDC 

Output Voltage (including transit) 700 +/- 5% VDC 

Average Output Power 15 kW 

Peak Output Power 150 kW 

Minimum Output Power 100 W 

5.1 HFPDU Control Scheme 

 The high frequency PDU controller is a classical voltage-current cascaded loop, 

where the error from the output voltage loop becomes a virtual current reference. The two 

loop concept shown in Figure 5-1 works by correcting the output voltage by way of 

adjusting the resonant current using proportional and integral (PI) controller. Since the 

current experiences less delay than the voltage, the two-loop approach tends to have 

better dynamics than voltage-mode control alone. [12] In addition, due to the extremely 

high step load requirement, output load current has been used to create a feed-forward 
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signal to improve HFPDU transient response.  Reason being, the additional output current 

information gives early update on the output load before the effect is shown in the 

voltage feedback.  

 

Figure 5-1: HFPDU control scheme using cascaded two-loop control. 

5.2 HFPDU Control Modeling  

Matlab/Simulink model was developed based on the above mentioned control 

scheme together with the LLC resonance converter that was discussed in Chapter III. 

Small output pre-load together with a switch controlled 135 kW resistive step load were 

used for simulation. 
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Figure 5-2: HFPDU Matlab/SIMULINK model of LLC topology and controller. 

Figure 5-2 (below) shows the start-up waveform of the HFPDU.  High gain is expected 

during start-up, due to the high voltage difference between the output and the input DC 

volt.  Therefore, in order to provide soft start function, a controlled ramp has been 

incorporated in the input command. As a result, a good controlled ramp to the output 

voltage is shown in the figure below, followed by a controlled resonant current and 

inverter PWM voltage, respectively.   

   

 Control Section 

 

Power 

Figure 5-3: HFPDU simulation results during start-up. 
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Another important performance specification is transient response of output 

voltage.  Figure 5-4 shows a converter starting from steady state running with an output 

load of 15 kW, and followed by additional 135 kW step load using only 2500 uF 

capacitor on the output. The waveform shows 2.1 % of its 700 VDC, and 2.2% over shoot 

when the 135kW load is finally removed, which is well within the expected specification 

of less than 5% regulation.  

 

Figure 5-4: HFPDU Transient Response to 135kW step load. 

5.3 Monte Carlo Analysis 

 On this section, Monte Carlo simulations were done to consider variation within 

components and disturbance to the resonance converter, while still guaranteeing 

performance. For this simulation, a Matlab script was develop to alter major component 

values and compute different combination of the adjusted disturbance. Finally, the results 

were aggregated to show the effect of the adjusted domain. 

~2.2% Rise ~-2.1% droop 
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TABLE 5-2: SPEC FOR INPUT DOMAIN WITH DEGREE OF FREEDOM 

Item Value Degree of Freedom Unit 

Input Voltage 600 +/-30% VDC 

Leakage Inductance 7 +/- 14% uH 

Resonant Capacitor 4 +/-10% uF 

Output Capacitor 10,000 -/+10% uF 

 

The items from Table 5-2 were set to vary within their degree of freedom, and a total 

of 81 different combinations of runs were performed. Figure 5-5 shows step load of 

135kW, while the converter were at a steady state with the output loaded at 15kW.  After 

completing the 81 runs, the maximum measured percentage droop values were 

aggregated, and 2.2% was determined as the maximum droop value. 

       

Figure 5-5: Monte Carlo Analysis of HF PDU Transient Response when 135 kW load 

were added, and droop measurement in percentage. 

Similarly, once the converter is at steady state with the output loaded at 150kW load, any 

sudden removal of the load will result in some transient response.  Using values from 
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Table 5-2, similar Monte Carlo result shows in Figure 5-6, the max rise on the output 

voltage was less than 2%. 

       

Figure 5-6: Monte Carlo Analysis of HF PDU Transient Response when 135kW load is 

removed and voltage rise measurement in percentage.
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CHAPTER VI 

6. THERMAL ANLYSIS    

Thermal analysis is a fundamental issue in power converter design, since it is 

instrumental in determining the most convenient switching power device. The associated 

heatsink and choice of cooling method are strictly related to the basic requirement for 

keeping the junction temperature below the maximum admissible value [6]. In this 

chapter, we will identify the converter’s source of losses, and discuss the simulation of 

the thermal performance for the selected heatsink. 

6.1 Loss Calculations 

There are primarily two sources of losses on the IGBT’s used for the resonance 

converter. They are classified as switching losses and conduction losses.  In setting up the 

experiment for thermal analysis of the converter, a single heatsink with a size of 150 mm 

x 380 mm was selected. The heatsink will be shared by two IGBT modules, with each 

consisting of 2 IGBTs, and two diode modules, which also consist of 2 diodes each. 

As previously discussed, the selected LLC resonance converter will not have any turn on 

loss due to super-resonance operation. However, there will be some turn off losses. The 

section on softstart operation shows techniques for reducing or eliminating these turn off 

loss. Manufacturer of IGBTs or similar devices provides an energy turn on and turn off 
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estimate loss for corresponding current. Figure 6-1 shows both the turn on and turn off 

losses for PowerEx CM600DU-24FH IGBTs. To determine specific »�s(�22) value, the 

resonant current will have to be determined through simulation of the model. Based on 

the difference in the operation of the leading and lagging sets of IGBTs, a separate 

analysis will be required.  

 

Figure 6-1: PowerEx CM600DU-24FH switching loss vs. collector current. 

We begin with the leading leg, which uses a snubber capacitor to reduce the switching 

losses.  In this case, in order to include the impact of the snubber capacitor, we apply a 

reduction factor	(K�½�¾¿À����), which is a function of the snubber capacitor, the 

commutation current, the commutation voltage and switching characteristics of the 

devices [2]. 

 °�s_u�=v = Á��v�>Â]�@�(�\»�22Ã¨IÄ)     (5.1) 

While the conduction loss, also called the saturation loss, of the IGBTs can be calculated 

using the saturation voltage (9�=Â) found in the manufacturing datasheet.  Due to the 

nature of phase shifting, the leading leg will natural have lower saturation loss as a result 
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of freewheeling state. The leading leg uses the diode in the module, which has much 

lower order of conduction loss, to circulate current. As a result, the current on the leading 

leg can be considered roughly half. Similarly, this can be expressed in a reduction factor 

(Á��v�>Â]�@�)  
°�=Â_u�=v = Á��v�>Â]�@�(9�=Â\3q�=@)     (5.2) 

As previously mentioned the total losses on the IGBT will be the sum of the conduction 

and switching loss. 

°ÅÆÇ _u�=v = °�=Â_u�=v + °�s_u�=v     (5.3) 

However, the loss in the IGBT module also includes the parallel diode, which is 

uncontrolled and consists of conduction losses only. The diode forward drop 

voltage	(9�È) is also found in the manufacturing datasheet. 

°>�@vÉ]�v� = (9�È\3q�=@)     (5.4) 

Where	°>�@vÉ]�v� = 	°u�=v_É]�v� 
 
Finally, the total loss of the IGBT module is the sum of the losses for two IGBTs and two 

freewheeling diodes. This provides the power loss value needed for heatsink thermal 

analysis. 

°u�=v]@D_ÅÆÇ _q�v�u� = °ÅÆÇ _u�=v + °u�=v_É]�v�   (5.5) 

Similarly, we conducted analyses of the lagging leg, where the IGBT module benefits 

from ZCS or near ZCS operation.  

Once losses from IGBTs and diode gets totaled, the thermal impedance would need to be 

analyzed to make sure junction temperature is still below the maximum allowable value. 
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Figure 6-2 shows a simple model of thermal interface from the junction temperature to 

ambient temperature. Where	(;ÂÊ(ki>)), which is in	 �/±			| , is the thermal resistance 

between the junction and the module case. The manufacturer of the IGBT and diode, 

inside the module, provides this value. Series connection of thermal resistance of the 

thermal interface material	(;ÂÊ(>iÊ)) and the thermal resistance of the 

heatsink	(;ÂÊ(Êi=)) can highlight the relationship between the ambient temperature and 

the virtual junction temperature.  

 

Figure 6-2: Simple model of the IGBT module thermal interface. 

An excel file was developed based on the above equations at different operation 

points. Also included in the equation is the expected duty cycle from CT machine 

operation, which results in the heatsink temperature shown in Table 6-1. 

TABLE 6-1: CALCULATED LOSS AND EXPECTED JUNCTION TEMPERATURE 

Power Frequency Peak 
Current 

Power 
leading 

Power 
Lagging 

Heatsink 
Temp 

Junction 
Temp 

15 kW 47 kHz 165 A 303.1 W 371.2   W 47.1|� 57.6|� 
75 kW 41 kHz 470 A 733.7 W 1303.5 W 67.6|� 66.0|� 
115 kW 39 kHz 600 A 995 W 1750    W 65.1|� 94.0|� 
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6.2 Heatsink Temperature Simulation 

 Using results from Table 6-1 above, a selected heatsink coupled with three fans 

each running at 150 CFM were thermally simulated. Figure 6-3 shows the steady state 

heatsink temperature with the converter running at 15 kW of load. 

 

Figure 6-3: Simulation result from 15 kW average power of HFPDU. 

Next, a thermal simulation of the heatsink was done for transient response. In this setup 

60 kW load was introduced for 60 seconds, once the heatsink have reached steady state 

temperature on 15 kW average. The maximum measured heatsink temperature is found to 

be	67|�. 

 

Figure 6-4: Simulation result from 15kW average plus 60kW for 1 minute. 
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Finally, 115 kW step load that has 5% duty cycle were simulated after the heatsink 

reached steady state running 15 kW average loads.  The maximum heatsink temperature 

is found to be	65|�, which puts the junction temperature below	100|� leaving 

over	25|� of margin from maximum allowable junction temperature. 

 

Figure 6-5: Simulation Result from 15kW Average plus 115kW for 2 seconds.
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CHAPTER VII 

7. ELECTROMAGNETIC COMPATIBILITY   

 

One of the main concerns of replacing 60Hz transformer by high frequency 

transformer is the introduction of switching devices on the primary side of the 

transformer.  These switching devices are the main enabler of this technology, yet are of 

potential concern for electromagnetic noise due to high	rt rÂË . The  discipline  of  EMC 

has often  been  accused  of  being  a  "black art"  wherein  measures  used to  reduce the 

effect  of  a  potential interference source are ineffectual [3].  This is typically due to lack 

of understanding on the source of noise, or the dominant effect to the overall conducted 

emission contributor. Figure 7-1, below shows the effect of differential-mode and 

common-mode current, and the frequency range where they are most dominant. This 

helps determine the potential source of noise, and means of mitigation. 

 

Figure 7-1: Illustration of the dominance of one conducted emission component over 

another in the contribution to the total emission [4]. 
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7.1 Filter Design 

To limit excess amount of conducted emission though the input power line, line 

filters possible on both the AC side and the rectified DC section, would be required. 

However; to make matter more challenging for this topology, medical grade power 

supply falls under strict leakage current requirements. This means that the filter design 

will be limited by the size of capacitance to ground it can use as part of the filter.   Figure 

7-2 (below) identify possible path of current to ground on the primary side of the 

transformer. 

 

Figure 7-2: Primary Side Earth leakage Current Path. 

The maximum allowed capacitor to ground on the AC side can be calculated using the 

line voltage, line frequency, and maximum earth leakage current.  

3>=¤ = �Ìf
Í = �Ìf

�B2>       (7.1) 

Where 3�q�_q=g = 1S:  per capacitor 

      ~ �ST\ =
�q<

�®®∗�B∗³|
= !%/Î 

 Similarly the maximum allowed capacitor to ground on the DC side can be calculated 

using equation 7.1. However, due to 6-pulse rectification, the ripple frequency will be 
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360Hz, while the ripple voltage would be around 70V.  Assuming 3�q�_q=g = 1.5S:  per 

capacitor for the DC side 

~�ST\ = 1.5S:
70 ∗ 2� ∗ 360 = Ð/Î	 

Therefore; this sets the precondition on any filter design to have a capacitor value no 

more than 10nF to ground on the primary side. Simulations were also conducted to check 

and see if the above calculation produces the expected leakage current. Figure 7-3 shows 

the current from each phase to ground = 1.5 mA, however the total current to ground 

becomes 0 mA.  This is due to the assumption in the simulation were all the 3 phase are 

balanced, and the result would be zero due to phase cancelation.  

 

Figure 7-3: Leakage current on 3 phase AC line due to line frequency. 

Followed by a simulation on the DC side, result in leakage current from line to ground 

=1.6mA 

 

Figure 7-4: Leakage Current measurement on DC bus line due to line frequency. 
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Based on the precondition for the filter design, and information regarding the dominant 

source of noise, LTSpice simulation of EMC filter was conducted for both common-

mode and differential mode noise. 

Common-mode noise is when current flow out on all phase conductors and return on 

ground mostly though parasitic capacitors. Figure 7-5 below shows common-mode noise 

source together with common-mode noise filter or chock. 

 

Figure 7-5: Common-mode noise simulation model using 10nF capacitor to ground. 

The result from the common-mode filter model shows good insertion loss above 1 MHz 

frequency, which is greater than -36dB.  Based figure 7-1 on the expected dominant noise 

contributor, the common-mode filter is expected to have significant contribution in 

reduce the overall EMI measurement in the frequency of interest for common-mode 

noise.  

 

Figure 7-6: Insertion loss from the proposed LTSpice model of common-mode filter. 
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A similar filter model was also developed in LTSpice for the differential-mode noise, 

which is when current flows out of  a phase conductor and returns on another phase. 

 

Figure 7-7: Differential-mode noise simulation model using 10nF capacitor to ground. 

The result from the differential-mode filter model also shows good insertion loss across 

the full frequency range (100 KHz – 30 MHz) for conducted emission. With the 

minimum insertion loss of -40dB, this simulated filter contributes in great deal in 

minimizing the overall EMI measurement.  

 

Figure 7-8: Insertion loss from the proposed LTSpice model of differential-mode filter. 

 7.2 Preliminary Conducted Emission Test 

Conducted EMI from switching devices can be narrowband and broadband. The 

latter is caused by diode recovery, re-conducted radiated emissions and other, mostly 

parasitic phenomena, which are difficult, even impossible to predict theoretically. The 
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way to minimize the broadband noise is to follow good design practices, i.e. proper 

layout, grounding, switching etc. If these are followed, the broadband emissions are 

unlikely to exceed the standard limits [8]. For this thesis, a prototype was put together to 

get a preliminary result of conducted emission noise with a caveat that the result is very 

dependent on the specific packaging of prototype.  This requires an understanding of the 

types of noise being produced, and the noise path as a result of parasitic of the package 

that need to be well understood. 

A preliminary measurement of conducted EMI was done using line impedance 

stabilization network (LISN) in accordance to Comité International Spécial des 

Perturbations Radioélectriques (CISPR 11) specification. The above simulated line filter 

has been put to the test, and have shown promising resulting related to conducted 

emission of high frequency PDU architecture.  

 

Figure 7-9: Preliminary quasi peak conducted emission measurement result of proposed 

topology shows -11dB margin from quasi peak limit. 
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CHAPTER VIII 

8. EXPERIMENTAL RESULT   

To show the validity of the design procedure presented in this thesis, the proposed 

LLC resonant converter topology have been built and tested. This chapter presents the 

first HFPDU prototype, and test result of the prototype to demonstrate conformance of 

the design to the requirements and expected results from simulation.  Figure 8-1 shows 

the overall package of the first HFPDU prototype with a shown significant reduction in 

size, with height less than 200 mm. 

What was not discussed on this thesis report, but is of an important part 

contributor to the overall performance, is the design and implementation of control board. 

The first prototype uses an FPGA based control board that is not only used for 

monitoring but also control the resonance converter. In addition an isolated gate driver 

has been used to drive the gate signals from FPGA’s TTL signals. 

 

Figure 8-1: First HFPDU prototype built according to the proposed topology. 
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8.1 Measurement Setup 

A picture of the major components on the first HFPDU prototype is shown in 

figure 8-2.  It is mainly composed of FPGA control board, gate driver board, isolation 

transformer, 3-phase full bridge rectifier, full H-bridge configuration, output full bridge 

diodes, and fuses. This is consistent with the detail schematic shown in chapter III of this 

thesis report.  

 

Figure 8-2: Overview of the main component of the first HFPDU prototype.  

Before applying any power from the prototype, proper safety precaution must be taken 

due to the presence of lethal voltage. In order to collect both voltage and current 

measurement a Tektronic TDS5000 digital oscilloscope together with high voltage prop 
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were used. For the experiment result, PWM output voltage, resonant current, and output 

regulated voltage are presented. 

8.2 Converter waveforms 

Because of the difference in voltage between the input, and the output voltage at 

the beginning, the converter will see very high gain.  As a result, given the same control 

law, the expectation is a very high inrush current during startup.  Therefore; for this 

research a controlled ramp command were introduced to bring up the voltage in a 

controlled manner. Figure 8-3 and 8-4 show the measured result where starting from the 

top to bottom, a controlled output voltage ramp, PWM output voltage, and resonant 

current respectively. The initial start up waveform shows the output PWM being at 

maximume freqeuency, and minimume pulse width.  As a result the output resonant 

current is very close to zero, thus limiting the output power. 

   

Figure 8-3: HFPDU initial pulse waveform during startup. 
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Figure 8-4 shows HFPDU during start up at 3 kW output laod. The output voltage have 

followed the command ramp by limiting the resoanant current in accordance to the output 

load. 

 

Figure 8-4: HFPDU startup waveform with a controlled ramp on the voltage. 

Finally converter steady state waveform is presented in figure 8-5 below, where the 

output is connected to 15 kW of load. Similarly from top to bottom, figure 8-5 shows, the 

regulated 700 VDC voltages, PWM output voltage, and resonant current respectively. 

 

Figure 8-5: HFPDU steady state waveform with a 15 kW loads on the output.  
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CHAPTER IX 

9. SUMMARY AND CONCLUSION   

This thesis developed medical grade high frequency power distribution units 

using resonant converter to replace traditional CT power distribution units.  Starting with 

the over view of resonance topology, and operating scheme, the paper have pointed out 

the benefits and shortcoming of different series resonant converter.  Following in chapter 

3, an LLC resonant converter topology, and super resonance operation has been selected 

in order to benefit from both the series and parallel load resonant converter.  The selected 

topology provides inherent short circuit protection and lower part counts, particularly 

because of resonant converter capability of using leakage inductance, and magnetizing 

inductance of a transformer for its resonant tank.  

Following the section of LLC resonant converter topology, a design model was 

developed using Matlab/Simulink, and control capability has been simulated.  In order to 

account for variation in operating environment and part to part variation, Monte Carlo 

analysis were conducted to show conformance to the specification.  Furthermore; 

simulation of the magnetics, filter design, and the thermal performance were conducted to 

set the stage for design implementation.    

A prototype of the selected topology was built and result was evaluated.  The 

measured result has been found to show an excellent correlation with the simulation 

result. This gave confidence in the accuracy of the model, and the results from the 

various simulations. 
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Finally, the technique and topology that were discussed here are by no means 

exclusive only to CT system, or even medical system.  In fact, it can be used in many 

other applications that can benefit from isolating grid disturbance, regulated output 

voltage, and reduction in overall size in a cost effective manner.  
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A. APPENDICES 

A.1 UNDAMPED SERIES-RESONANT CIRCUIT 

Figure A-1 shows an undamped series-resonant circuit where the input voltage is 

9v at timex�. The initial conditions are 3
Ñ and9�Ñ. With the inductor current 	
 and the 

capacitor voltage w> as the state variables, the circuit equations are [11]            

1� v]b
vÂ + w> = 9v     (A-1)  

and      �� vtJ
vÂ = 	
                       (A-2)  

For	x ≥ x�, the solution is as follows:      

	
(x) = 3
� cos��(x − x�) + �Äi�J�
Ó� P	Z��(x − x�)    (A-3)  

and   9>(x) = 9v − (9v − 9>�)UÔP��(x − x�) + Õ�3
�P	Z��(x − x�)                (A-4)  

where   angular resonance frequency = �� = 2��� = �
�
���                 (A-5) 

and   Characteristic impedance = �� = `
�
��	                             (A-6) 

 

Figure A-1: Undamped series-resonant circuit [11]. 
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A.2 SERIES-RESONANT CIRCUIT WITH A CAPACITOR-PARALLEL LOAD 

Figure A-2 shows series resonant circuit, where the capacitor is loaded in parallel 

with	3�. In this circuit, 9v and,	3� are dc quantities. The initial conditions are 3
Ñ and9�Ñ 

at time	x� [11]. Therefore  

w> = 9v − 1� v]b
vÂ      (A-7)  

and      	
 − 	> = 3�                       (A-8)  

By differentiating Eq. A-7     

	> = �� vtJ
vÖ = −1��� vA]b

vÂA     (A-9)  

Substituting 	> from Eq. A-9 into Eq. A-8 yields 

      
vA]b
vÂA + ���	
 = ���	�                         (A-10)  

Where angular resonance frequency ��is still the same as Eq. (A-5), solution for x ≥ x� 

is as follow: 

 	
(x) = 3� + (3
Ñ − 3�)UÔP��(x − x�) + �Äi�J�
Ó� 	P	Z��(x − x�)              (A-11) 

And 

   w>(x) = 9v − (9v − 9>�)UÔP��(x − x�) + Õ�(3
Ñ − 3�)P	Z��(x − x�)        (A-12) 

 

Figure A-2: Series-resonant circuit with capacitor-parallel load [11]. 


